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Abstract

This paper examines system and circuit design techniques for a “micro-
Watt node” operating at power level low enough to enable the use
of an energy scavenging source. While several architectures have been
investigated in order to reduce the overall system power consumption, none
of them is able to guarantee robustness of the link and ultra-low power
consumption at the same time. A survey of the most advanced architectures
meant for ultra-low power transceivers is described. Advantages and
drawbacks of all these systems are discussed and the reasons for an
architecture based on Frequency-Hopping (FH) Spread-Spectrum (SS) are
discussed. Finally a novel FH synthesizer based on digital pre-distortion
architecture is proposed in order to reduce the power consumption of
the hopping synthesizer. The FH architecture together with a frequency
offset robust demodulation technique allows a reduction by a factor 8
of the power consumption compared to the state-of-the-art synthesizers.
Furthermore, a single RF block front-end is obtained combining together
the VCO and the PA. The novel RF front-end can be directly coupled to
the antenna through a balun and the system is able to deliver -18 dBm
output power on 50 Ω load at 1 mA current consumption (2 V power
supply). To prove the new synthesizer principle a communication link in
the 902-928 MHz ISM band has been set-up. The receiver, mainly software
with a flexible RF front-end, adopted a ST-DFT demodulation algorithm
and achieved a BER smaller than 1.1% at -25 dBm output power, with
TX and RX antennas placed at 8 meters distance in a NLOS condition
and in a common office environment.

1. Introduction

In recent years, a trend toward a world in which people will be surrounded by
networked devices that are sensitive and adaptive to their needs can be foreseen.



This trend has been expressed in a vision called Ambient Intelligence (AmI). It is
possible to partition this world into three different classes of devices called “Watt
nodes” , “milli-Watt nodes” and “micro-Watt nodes” [1].
The “Watt nodes” and the “milli-Watt nodes” demand a further improvement in
technology scaling to meet the low-power target. In contrast, the design of a
“micro-Watt” node requires to meet the limit of miniaturization, cost reduction and
power consumption. Therefore the complexity of this task is not in the number
of transistors but in the capability to optimally combine technologies, circuit and
protocol innovation to obtain the utmost simplicity of the wireless node.
At the system level there are several challenges engineers have to face to achieve
such a reduction in terms of power consumption. Like in a paging channel, a low-
power wake-up circuitry will be required together with RSSI measurement circuits,
so that energy expenditure can be adjusted optimally. Finally advances in energy
sources and scavenging techniques is mandatory to avoid battery replacement.

2. Energy Scavenging Techniques

Several scavenging techniques have been studied in the recent years. However
it is unlikely that a single solution will satisfy the total application space.
For example a solar cell requires minimum lighting conditions, a piezoelectric
generator sufficient vibration, and a Carnot-based generator sufficient temperature
gradient.
One of the most common scavenging techniques is to harvest energy from an
RF signal. An electric field of 1 V/m yields only 0.26 µW/cm2, but such field
strengths are quite rare [2]. This technique is generally used for RFID tags, which
have a power consumption between 1 and 100 µW. Energy can be harvested by
using solar cells. While 1 cm2 of standard solar cells produces around 100 mW
under bright sun, it only generates no more than 100 µW in a typically illuminated
office [2]. Also thermoelectric conversion can be used as an energy scavenging
technique. Unfortunately the Carnot cycle limits the use of this technique for small
temperature gradients by squeezing the efficiency below 5% for about 15 degrees
temperature difference [2]. Another possible solution to the scavenging problem
can be found using vibrational energy. If 1 cm3 volume is considered, then up to
4 µW power can be generated from a typical human motion, while 800 µW can
be harvested from machine-induced stimuli [2].
Considering the aforementioned state-of-the-art in energy scavenging techniques,
researchers have plenty of room for improvement both in increasing energy
harvesting efficiency and in reducing the overall power consumption of wireless
nodes.



3. Low-power Wireless Systems Trends
Increasing demand in wireless systems for sensing and monitoring applications

have culminated in a high demand for low power autonomous devices. While
AmI and the autonomous node concepts still are far from an everyday reality, a
lot of effort has been put in the elaboration of novel standards, which can better
match the low power trend. Following this novel trend, standards like Bluetooth
and Zigbee have been proposed in the recent years.
While these standards have reduced power consumption at expenses of a lower
data-rate and Quality-of-Services (QoS), their protocol and their physical layer are
still too complex to be implemented in an autonomous wireless device. Indeed,
even though recently a simplified Bluetooth Low End Extension (LEE) [3] has
been released, the overall transceiver power consumption remains too high for an
autonomous node. While the data-rate has been scaled down to less than 0.5 Mbps
and other constraints have been simplified both at the physical and MAC layer, a
state-of-the-art power consumption of 9 mA (at -2 dBm transmitted power) in Tx
mode and 8 mA in Rx mode have been reported for a Bluetooth transceiver [3].
In the effort to reduce the transceiver power consumption, the Zigbee standard has
been recently released (Preliminary standard by Philips in the 2001). While the
data-rate is reduced with respect to the Bluetooth standard, the overall transceiver
power consumption remains high due to complex MAC and physical layers. A
recent work [4] showed a Zigbee compatible radio transceiver, with 21 mW power
consumption in Rx mode and 30 mW in Tx mode (at 0 dBm output power). It
follows that these standards cannot be used in the design of a “micro-Watt node”
where an average power consumption of less than 100 µW and therefore, a peak
power consumption lower than 10 mW, is required for duty-cycles lower than 1%.

4. Recent Advances in Ultra-Low Power Transceivers
Starting with university research, the interest in ultra-low power wireless devices

have increasingly spread among companies as well. In the wide scenario of
ultra low-power devices, various pioneering investigations have been conducted
to prove the feasibility of a “micro-Watt node” in terms of power consumption
and robustness of the communication link.

4.1. Research in industries
Several wireless products, which claim to be ultra-low power, are present on the

market. Rarely these products can be used as core block for a “micro-Watt node”.
Pioneering researches toward the development of this kind of wireless nodes can
be found in [5][6].
The Eco node [5] has been designed to monitor the spontaneous motion of preterm
infants using the 2.4 GHz ISM band at 1 Mbps data-rate. While showing a good



form factor (648 mm3 by 1.6 grams), its power consumption is still far away from
the minimum target required by an autonomous node. Indeed, even at 10 kbps and
-5 dBm output power, it consumes 20.4 mW in Tx mode and 57 mW in Rx mode
(at 1 Mbps) considering only the radio device. While these nodes are designed for
duty-cycled operation, as stated in Section 3, peak power consumption should not
exceed 10 mW. Robustness of the link by frequency diversity is achieved by using
a Frequency-Hopping Spread Spectrum (FHSS) technique (up to 125 channels).
The Telos node [6], complies with the ZigBee standard. Therefore while having
a reduced data-rate (250 kbps) it has an overall power consumption of around 73
mW from 1.8 V power supply at 0 dBm transmitted power.

4.2. Research in universities
Different universities are involved in pioneering research on ultra-low power

devices and networks. At Berkeley university an ultra-low power MEMS-based
transceiver has been developed [7]. While using a 1.9 GHz carrier frequency and
only two channels, the receiver power consumption is 3 mA from a 1.2 V power
supply. The data rate is 40 kbps at 1.6 dBm output power. The low receiver
power consumption is mainly obtained through the use of high-Q MEMS resonator
implemented as Thin-Film Bulk Acoustic Resonator (FBAR). If more channels are
needed, like in the case of an FHSS transceiver, the hardware requirement will
increase linearly with the number of channels, making this choice impractical from
a low-power point of view. The transmitter part adopts direct modulation of the
oscillator and MEMS technology, eliminating power hungry blocks like PLL and
mixers, therefore reducing the overall power consumption.
Two major drawbacks can be foreseen in the proposed architecture. While reducing
the circuit and technological gap toward a “micro-Watt node”, it relies on non-
standard components (MEMS), which will increase the cost and will require
higher driving voltage. Furthermore it lacks on robustness due to the use of
only two channels, while requiring a linear increase of the power consumption
with the channels number, if a more robust frequency diversity scheme has to be
implemented.
At the CSEM institute the WiseNet [8] project aims to optimize both the MAC and
the physical layer to obtain a robust, low-power solution for sensor networks. While
not using the worldwide available 2.4 GHz ISM band but the lower 433 MHz ISM
band, it achieves a power consumption of only 1.8 mW from a minimum supply
voltage of 0.9 V in Rx mode. This result was achieved by a combination of circuit
and system innovative techniques and the use of the low-frequency 433 MHz band,
which reduces the power consumption of the most power hungry blocks like the
frequency synthesizer. In Tx mode a high power consumption of 31.5 mW was
reported mainly due to the choice of a high output power of 10 dBm. Data-rate is
25 kbps with FSK modulation.



The proposed solution, while relying partially on the frequency band choice to
reduce the power consumption, still requires external components like high-Q
inductors for the LC-tank circuit and external RF filters, which will deteriorate
form-factor and power consumption at higher frequencies.

5. System Level Aspects for Wireless Microsensor Nodes

At system level, several trade-offs are present in order to optimize the overall
power consumption of wireless nodes. Several power models have been proposed
in order to predict the optimum data-rate, which can minimize the overall power
consumption. In [9] a simple energy model has been developed showing that, while
increasing the data-rate and the efficiency of the power amplifier can reduce the
energy per bit required to send the information, the inefficiency introduced by the
short packet size (common in low data-rate applications) demand for a reduction
in the start-up time.
Another simple model has been developed in [10]. The model considers both
transmission and reception of data-packets, while considering PA efficiency and
power consumption during transient times. From the model a fixed energy cost due
to the oscillator power consumption and the receiver circuitry dissipation can be
reduced by increasing the data-rate. Considering the energy per bit, results show
that the optimum data-rate should range between 10 and 100 Mbps. In [10] the
wireless node has a duty-cycle of around 2%, which is still too high for very simple
applications like a normal indoor temperature sensor or a light switch. For these
kinds of applications it is possible to imagine that a single message, no longer
than 1000 bits, is sent every 15 minutes.
We can approximate the power required to transmit a data packet Lpacket with the
following relation:

Pd = Ptx
Ttx

T
+

Pdiss

T
(Ttx + Twu) +

Pidle

T
(T− Ttx − Twu) (1)

where Ptx is the power radiated from the antenna, Ttx is the time required for each
transmission, Twu is the wake-up time of the transmitter (i.e. the time required to
start up the circuitry), Pidle is the power dissipated in the idle mode when most
of the transmitter functions are off, Pdiss is the non-radiated power dissipated by
the transmitter and T is the time interval between two consecutive transmissions.
Given a required Eb

N0
for a given BER, a certain receiver noise factor NF, a

certain noise bandwidth Bnoise, a certain attenuation due to the channel Loss1,
the data bandwidth Bdata and the one sided noise spectral density N0, the required

1To calculate the path loss the following expression has been used: Loss=27.56−20Log10(fc)−20Log10(r0)−10·n·Log10(
r
r0

)
where fc is the carrier frequency expressed in MHz, r is the communication distance, r0 the reference distance for free-space
propagation (unobstructed transmission distance which is less than 2 or 3 meters in an indoor environment) and n is the path-loss
exponent.



transmitted power can be derived:

Ptx = N0 × Bnoise

Bdata
× Eb

N0
× NF ·D

Loss
(2)

The transmission time depends on the data-rate (D) and on the packet size :

Ttx =
Lpacket

D
(3)

Substituting (2) and (3) in (1) an expression for the average transmitter power
consumption can be derived as a function of the data-rate.

Pd = K
Lpacket

T
+ Pdiss(

Lpacket

D · T +
Twu

T
) + Pidle − Pidle

Lpacket

D · T − Pidle
Twu

T
(4)

where

K = N0 × Bnoise

Bdata
× Eb

N0
× NF

Loss
(5)

As can be seen from (4) and (5), the power required to transmit the data packet
can effectively be reduced by increasing the data-rate. On the other hand, the
improvement achievable by increasing the data-rate is substantially reduced when
the total average power dissipation is dominated by the idle power. In Fig. 1(a)
the minimum data-rate required to have an average power consumption equal to
Pidle + 10% is shown. The power consumption can be considered to be dominated
by the idle current in very-low duty cycle systems. Therefore if the idle current
decreases, the minimum required data-rate has to increase accordingly to have
an average power consumption that does not exceed the power consumed in the
idle mode by more than 10%. In Fig. 1(b) the simulation has been performed at
a transmission rate of one data packet every 15 minutes. The data-rate strongly
depends on Pidle but it is anyhow lower than 35 kbps.

(a) 40, 60, 80, 100 seconds between consecutive transmissions (b) 15 minutes between consecutive transmissions

Fig. 1. Minimum data-rates to have an average power consumption equal to Pidle+10% versus
Pidle and Pdiss; Lpacket=1000 bits, Twu=100µs, NF=20 dB, Eb

N0
= 15dB



Now looking at commercial low-power transmitter products, it can be seen that
idle power consumptions larger than 5 µW are very common. Therefore, from
Fig. 1(b), it can be deducted that increasing the data-rate will have a very small
influence in decreasing the average transmitter power consumption. Furthermore
this will lead to a much more complex hardware (analog and digital) and larger
leakage currents. The final effect is an increase in the power consumption in the
idle mode and therefore an increase in the average transmitter power consumption.

5.1. System architecture trends
Different radio architectures have been recently studied in order to reduce

the power consumption. Some of these architectures comprise Ultra-Wideband
(UWB) transceivers, Super-Regenerative transceivers, Subsampling transceivers as
well as Spread-Spectrum based transceivers (both Frequency Hopping and Direct
Sequence).

5.1.1. Ultra wideband transceivers
Among different architectures suitable for an ultra-low power implementation,

UWB based system are gaining much attention. FCC rules specify UWB technol-
ogy as any wireless transmission scheme that occupies more than 500 MHz of
absolute bandwidth.
The most important characteristic of UWB systems is the capability to operate in
the power-limited regime. In this regime, the channel capacity increases almost
linearly with power, whereas at high SNR it increase only as the logarithm of the
signal power as shown from the Shannon theorem

C = BW × log2(1 +
PS

PN
) (6)

where PS is the average signal power at the receiver, PN is the average noise power
at the receiver and BW is the channel bandwidth. For low data-rate applications
(small C), it can be seen from (6) that the required SNR can be very small given an
available bandwidth in excess of several hundreds MHz. A small SNR translates
in a small transmitted power and therefore in a reduction of the overall transmitter
power consumption.
Though UWB transceivers can have reduced hardware complexity, they pose
several challenges in terms of power consumption. In Fig. 2 a schematic block
diagram of an UWB transceiver is shown. The biggest challenge in terms of power
consumption is the ADC. If all the available bandwidth is used, the sampling rate
has to be in the order of several Gsamples per second. Furthermore, the ADC
should have a very wide dynamic range to resolve the wanted signal from the
strong interferers. This implies the use of low-resolution full-flash converters. It



S e q u e n c e
G e n e r a t o r

P u l s e
G e n e r a t o r M o d u l a t o r

P L L

A D CL N A V G A B a s e b a n d
D S P

Fig. 2. The building blocks of an impulse based UWB transceiver

can be proved [11] that a 4-bit, 15 GHz flash ADC can easily consume hundreds
of milliwatts of power. Even if a 1-bit ADC at 2 Gsample/s is used, the predicted
power consumption of the ADC remains around 5 mW [12]. Furthermore, the
requirement on the clock generation circuitry can be very demanding in terms of
jitter.
Besides these drawbacks, wideband LNA and antenna design are challenging when
the used bandwidth is in excess of some Gigahertz. The antenna gain, for example,
should be proportional to the frequency [13], but most conventional antennas do
not satisfy this requirement. LNA design appears quite challenging when looking
at power consumption of state-of-the-art wideband LNAs [14]. A wideband LNA
consumes between 9 and 30 mW making very difficult to fulfill a constraint of
maximum 10 mW peak power consumption for the overall transceiver. While
several successful designs are recently published showing the potential of UWB
systems, their power consumption remains too high to be implemented in a “micro-
Watt node”. In [14] the total power consumption is around 136 mW at 100% duty
cycle. In [15] a power consumption of 2 mW has been reported for the pulse
generator only.

5.1.2. RF-ID, subsampling and super-regenerative architectures
In the wide arena of low-power architectures, RF-IDs represent a good solution,

when the applications scenario requires an asymmetric network. In this case the
“micro-Watt node” needs to transmit data and to receive only a wake-up signal.
The required energy is harvested from the RF signal coming from the interrogator.
In [16], the interrogator operates at the maximum output power of 4 W, while
generating by inductive coupling 2.7 µW. This power allows a backscattering-
based transponder to send OOK-modulated data back to the interrogator in a 12
meters range using the 2.4 GHz ISM band. Unfortunately the limited amount of
intelligence at the transmitter side makes this architecture not flexible and only
suitable in a highly asymmetric wireless scenario.
Nyquist theorem has been explored in subsampling based receiver in order to
reduce the overall power consumption. The power consumption of analog blocks
mainly depends on the operating frequency. Applying the theory of bandpass
sampling [17], it can be proved that the analog front-end can be considerably
simplified reducing the operating frequency. This has the potential to lead to a



very low power receiver implementation. Unfortunately due to the noise aliasing,
it can be proved that the noise degradation in decibels is:

D = 10Log10(1 +
2MNp

N0
) (7)

where M is the ratio between the carrier frequency and the sampling frequency,
N0 is the white noise spectral density and Np is the BPF filtered version of N0.
In this sense, the choice of the BPF filter as well as the choice of the sampling
frequency become quite critical. Beside this, the phase noise specification of the
sampling oscillator becomes quite demanding. Indeed, the phase noise is amplified
by M2 requiring a careful design of the VCO. Consequently, when interferers are
present, a poor phase noise characteristic can degrade the BER through reciprocal
mixing considerably. Therefore, up to now, this architecture has been found use
mainly in interferer-free scenario (space applications) [18].
Super-regenerative architectures date back to Armstrong, who invented the prin-
ciple. Despite many years of development they still suffer from poor selectivity
and lack of stability, while having the potential to be low power. Furthermore it
is restricted to OOK modulation techniques only.
In [19] bulk acoustic wave (BAW) resonators are used to reduce the power con-
sumption and to provide selectivity. While achieving an overall power consumption
of 450µW, it relies on non-standard technologies (BAW resonators), which will
increase cost and form factor of the “micro-Watt node”.
In [20] a 1.2 mW receiver has been designed and fabricated in 0.35-µm CMOS
technology. Even though the power consumption is very close to the requirements
of a “micro-Watt node”, selectivity is quite poor. Indeed, to demodulate the wanted
signal in the presence of a jamming tone placed 4 MHz far from the wanted
channel with a BER of 0.1%, the jamming tone has to be no more than 12 dB
higher than the desired signal. Generally to achieve a reliable communication, the
receiver should be able to handle interferers which have a power level 40 dB
higher than the wanted signal with a BER smaller than 0.1%. This specification
is very demanding for a super-regenerative architecture and it requires the use of
non-standard components like BAW resonator to achieve a better selectivity.

5.2. Frequency Hopping Spread Spectrum Systems
Among the various competing SS techniques, the FH system, in which the

transmitting carrier frequency is changing according to a prescribed pseudorandom
sequence, offers an attractive solution in terms of hardware complexity, system
performance and power consumption.
FH also enables the simplicity of using FSK modulation, which allows the
possibility of employing a direct-conversion receiver architecture. In this way,
a greater integration level and a lower power consumption can be achieved.



Furthermore the FSK modulation can be easily superimposed on the hopping
carrier by simple digital techniques. Finally the modulated output is constant
envelope, and amenable to non-linear power amplification. A schematic block
diagram of an FH transmitter is depicted in Fig. 3(a), while the distribution of
the signal in the time-frequency plane is depicted in Fig. 3(b).
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(a) Block diagram of a frequency hopping transmitter
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Fig. 3. A simplified example of an FHSS transmitter

Differently from a DSSS system, the spreading code is applied on the carrier
frequency rather than on the modulated data. This choice has some advantages
as well as some drawbacks. In terms of power consumption, the wake-up time
required by the system will be considerably lower. The wake-up time takes into
account also the synchronization time. It can be proved that the average acquisition
time for an SS system is

Ts = (C− 1)Tda(
2− Pd

2Pd
) +

Ti

Pd
(8)

where Ti is the integration time for the evaluation of each cell in the time-frequency
plane, Pd is the probability of detection when the correct cell is being evaluated,
Tda is the average dwell time at an incorrect phase cell, C is the total number of
cells.
Now supposing that no frequency uncertainty is present, there will be a time
misalignment between the two PN sequences at the transmitter and receiver side
equal to ∆Ti. Therefore, while a DSSS the system has to be synchronized within
±Tc \ 2 where Tc is the chip duration, an FHSS system needs to be synchronized
within ±Tsymb \ 2, where Tsymb is the symbol period. Due to the fact that in a
DSSS system the processing gain is related to the ratio between the chip rate and
the symbol rate, the chip period is at least an order of magnitude smaller than
the symbol period. Therefore, the number of cells that have to be evaluated in a
DSSS system is considerably bigger than in an FHSS system. From (8) the mean
DSSS synchronization time is bigger than in the case of an FHSS system. This will
increase the wake-up time and therefore the overall system power consumption.
Spread-Spectrum systems are generally affected by the so called near-far problem.
The near-far problem is the major limitation in DSSS systems and increases the



(a) FHSS (b) DSSS

Fig. 4. Near-far sensitivity comparison between FHSS and DSSS.

complexity of the transceiver due to the need for power control circuitry. Without
any power control the performances of a DSSS system in an environment in which
other DSSS systems are present can be heavily spoiled.
As shown in Fig. 4, in an FHSS system, when User 1 is 5 times further away from
the receiver compared to User 2 , the BER is still below 5%. At the same relative
distance, the DSSS system has already a BER of about 50%. The results shown
in the previous plots have been obtained using SimulinkTM models, in which the
users were interfering continuously with each other and only an Additive White
Gaussian Noise (AWGN) channel has been considered. In reality, thanks to the low
data rates, the probability that 2 or more users will communicate simultaneously,
is in the order of a few percent. Therefore, the average bit error rate should be
scaled down accordingly. For example, a BER of 10% will translate to a BER in
the order of 0.1%. In conclusion, there is a high probability that in a DSSS system,
an Automatic Gain Control (AGC) should be used, while in an FHSS system, it
can be easily avoided, reducing the complexity and the power consumption of the
system.
Unfortunately, the requirements on the hopping synthesizer in terms of settling
time and accuracy in the frequency synthesis are quite stringent. Therefore, the
implementation of FHSS functionalities in a “micro-Watt node”, requires a novel
simplified architecture with a power consumption an order of magnitude smaller
than the state-of-the-art.

6. Frequency Hopping Spread Spectrum Synthesizers
The main challenges in the implementation of an FHSS system result from

the requirements for agile and accurate frequency hopping at very low power
levels. Several ways to generate the hopping bins have been proposed in the
recent years. While widely used also for high data-rate links, fractional-N [21]
and Direct-Digital Frequency Synthesizers (DDFS) [22] based synthesizers are



relatively power hungry. In [21] the synthesizer power consumption is 55 mW
from a 2.5 V power supply while in [22] the synthesizer dissipates 40 mW from
a 3 V power supply.
Fractional-N based synthesizers have to deal with increased phase noise coming
from the Σ − ∆ modulator. Indeed the quantization noise is filtered by the PLL
phase transfer function and converted into phase noise [23]. Therefore a trade-
off between phase noise and settling time exists. Phase noise can increase the
system BER by reciprocal mixing. Therefore, it should be kept low increasing the
reference frequency or the order of the loop filter [24]. This will increase in both
cases the overall power consumption.
Recently, a new system concept has been proposed based on Analog-Double
Quadrature Sampling (A-DQS) to relax the specifications on the synthesizer [25].
The channel selection originally performed by the synthesizer can be partitioned to
the A-DQS. In this way, the step size of the PLL synthesizer can be doubled and
the locking position of the LO in the entire frequency band is halved. Nevertheless,
the power consumption remains too high, mainly due to the ADC requirements
[26].
In a DDFS, a sinewave is synthesized in the digital domain through the use of
a simple accumulator, which produces, as an output, a ramp proportional to the
desired frequency, and a phase-to-sine amplitude converter. In the simplest case
this converter is a Read-Only Memory (ROM). A DAC and a Low-Pass Filter
(LPF) are used to convert the sinusoid samples into an analog waveform.
The main operation in a phase accumulator of N-bit length is the N-bit addition.
From [27] the energy required for an addition by an Arithmetic and Logical Unit
(ALU) can be considered in the range of 250 pJ per addition. If a bandwidth of
9.6 MHz (64 channels spaced by 150 kHz in the 915 MHz ISM band) should be
synthesized using the architecture proposed in [22], then a 25 MHz reference clock
is needed and the power consumption of the phase accumulator can be predicted
by the following equation:

Pphase−acc = fref−clk × Eadd (9)

where fref−clk is the reference clock frequency and Eadd is the energy per N-
bit addition (250 pJ). From (9) the predicted power consumption for the phase
accumulator is 6.25 mW. The second block in a DDFS, which generally has
significant power consumption, is the ROM.
Generally, even if a resolution of few Hertz is needed to keep the spurious level
low, practical words longer than 14 bits will lead to a very large ROM even if
compression techniques are employed. Considering a truncated 14-bit phase word
and a 12-bit wordlength for the amplitude mapping, than the size of the ROM will
be approximately 192 kbit. Splitting, for convenience, the ROM in three banks of
approximately 64 kbit, then it can be implemented by three 28 × 28 matrixes.



Defining the storage array as a 2n = 2n−k×2k matrix with 2n memory cells, 2n−k

rows and 2k columns, then from [28] most of the power consumption in a ROM
comes from the pre-charge or the evaluation of the 2k memory cells. Therefore
we can approximate the total power consumption by the following:

Pmemcell = 3
2k

2
(cintlcolumn + 2n−kCtr)VddVswing (10)

where Pmemcell is the approximated power consumption of the ROM, the factor 3
takes into account that the total memory required has been split into three ROMs
of smaller size, cint is the capacitance of a unit wire length with minimum width,
Ctr is the minimum size gate capacitance, Vdd is the power supply voltage and
Vswing is the voltage swing of each memory cell. Defining the memory cell as
dm× dm square, then the column interconnection length of the memory matrix is
lcolumn = 2n−kdm.
Now considering as an example the CMOS 0.18 µm technology, we obtain a
predicted power consumption for the ROM of 5.4 mW. Therefore the power
consumption of the DDFS excluding DACs is higher than the 10 mW limit of
a “micro-Watt node”.

6.1. Predistortion-based hopping frequency synthesizers
To reduce the overall power consumption to a level that allows the imple-

mentation of “micro-Watt node”, a new architecture is proposed based on the
direct synthesis of frequency bins. The schematic block diagram of the proposed
architecture is shown in Fig.5.
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Fig. 5. Proposed hopping frequency synthesizer architecture

The incoming data, together with the wanted hopping code, addresses a particular
word cell in the ROM. The ROM has been split into two blocks depending on the
modulation bit. In each memory cell is stored the pre-distorted word that will drive
the DAC with a defined data bit applied. The DAC then drives directly the varactor
array changing the capacitance and therefore the oscillation frequency according
to the desired frequency bin and data.



The direct frequency synthesis is based on the well known relation between
frequency and tank capacitance in a resonator based VCO (LC-VCO for example):

fosc =
1

2π
√

LC
(11)

where L and C are respectively the total capacitance and inductance of the tank and
fosc is the oscillation frequency. It is possible to change the oscillation frequency
of the VCO by varying the capacitance of the tank. This, in practice, is realized
by using a varactor diode, which has a capacitance that varies non-linearly with its
reverse voltage across it. Therefore, applying the correct voltages to the varactor
diodes, it is possible to synthesize all the required frequency bins with minimum
hardware complexity (virtually only a VCO).
In an FHSS system the various frequency bins are addressed in a pseudo-random
fashion. Pseudo-random codes are generated in the digital domain, while the
varactor diodes require an analog control voltage. Therefore, a DAC is required as
interface between the digital world and the analog world. It is important to notice
that the DAC employed in a DDFS based frequency synthesizer works at much
higher frequency. Indeed, it should be able to synthesize frequencies in the order
of MHz with certain spectral characteristics.
In this new approach the DAC has to be able to give a steady-state voltage at
a rate comparable to the hopping rate (kHz range) without any constraint on its
dynamic linearity. This will considerably simplify the design of the DAC allowing
current consumption as low as 100 µA [29].
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Fig. 6. Channel allocation scheme

The architecture shown in Fig. 5 is an entirely feed-forward system. Due to the
fact that no feedback loop is present, errors cannot be corrected. Therefore, the
system should be accurate in the absolute sense. In CDMA applications, like the
one envisioned for a micro-Watt network, orthogonality of PN codes is of primary
importance. Indeed, a loss of orthogonality will produce a huge degradation of the
BER when two nodes with non-orthogonal codes communicate at the same time.
Any non-linear behavior in the transmitter chain depicted in Fig. 5 can produce a
loss of orthogonality between two orthogonal-generated PN codes.



If the space between the center frequencies of two adjacent channels is 150
kHz, then the error in the synthesized frequency should not exceed 100 kHz (50
kHz channel bandwidth) if code orthogonality has to be preserved (see Fig. 6).
Unfortunately the allowed maximal frequency error has to be smaller than the inter-
channel spacing. When the inter-channel distance reduces, while the orthogonality
of the PN codes is preserved, phase noise of the unwanted channel will reduce
the SNR in the wanted channel. Moreover, through reciprocal mixing the SNR
can be reduced well below the minimum requirement to demodulate the incoming
data with a certain BER. While increasing the phase noise performance of the
synthesizer will allow to take into account this drawback, it requires an increase
of the overall power consumption. The only solution, when the system is power
constrained, resides in the reduction of the non-linearities.

Fig. 7. Phase noise requirements vs. frequency offset (Phase noise requirements are: -70, -90,
-100 dBc/Hz for the adjacent, alternate and third-and-beyond channel respectively, when no
residual frequency offset is present)

Therefore, the upper bound on the maximum allowed frequency error after pre-
distortion is set by the phase noise specification. The most critical specification
for the phase noise is set by the third and beyond channel [30], where the phase
noise requirement is -100 dBc/Hz. The influence of the frequency offset is different
depending on the relative position between the wanted and unwanted channels. It
has the greatest effect when the wanted and unwanted channel are adjacent and a
smaller effect when they are two or more channels apart. This is clearly shown in
Fig. 7. Anyhow, from Fig. 7, the most critical specification is still on the third-
and-beyond channel regardless of the frequency offset. In order to not degrade
the BER through reciprocal mixing, a 0.5 dB maximum degradation on the phase
noise has been considered2. Under this condition, a maximum frequency error of
25 kHz can be tolerated.

2The error probability of a non-coherent BFSK modulated signal is given by 1
2
e
− Eb

2N0 . Considering a 0.1% initial BER, a
0.5 dB degradation in the phase noise translates in a 0.5 dB degradation in the SNR at the demodulator input and therefore in
a BER close to 0.2%.



The chain composed by the DAC, the varactor and the oscillator, introduces the
following non-linearities:

• Square-root relation between frequency and capacitance
• C-V characteristic of the varactor
• DAC Integral Non-linearity (INL)

The aim of the pre-distortion algorithm is to compensate these non-linearities in
the digital domain by applying pre-distorted digital codes to the DAC. The DAC
will also have a finite number of bits and therefore, together with its INL, also the
quantization error will play a role in setting the residual frequency error. Looking
at the varactor non-linearity and the square root relation between frequency and
capacitance in an LC resonator, the following considerations apply.
When the overall capacitance is the smallest (at higher frequencies), an error on
the capacitance due to uncompensated non-linearity, will produce a larger error
in the synthesized frequency. In this situation, the reverse voltage applied to the
varactor is at its maximum value (for example -1.6 V) and the quantization error
will have the greatest effect. In this region, however, the varactor exhibits a highly
linear behavior, while close to the minimum reverse voltage (for example -0.2 V),
it is highly non-linear. In this case the capacitance has its maximum value and the
synthesized frequency is the lowest possible.
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Fig. 8. Simulated DAC resolution and INL requirements

It can be proved that the maximum allowed capacitance error 3 in the two cases
is given by the following equations:

∆C√
LC =

1

[(2π(fmax + ∆f)]2L
− Cmin (12)

3The capacitance value is calculated so that the maximum residual frequency error after pre-correction is below the required
specification of 25 kHz



∆Cvar =
1

[2π(fmin −∆f)]2L
− Cmax (13)

where fmax is the highest channel center frequency, fmin is the lowest channel center
frequency, ∆f is the maximum allowed frequency offset, Cmin is the capacitance
at the highest channel frequency, Cmax is the capacitance at the lowest channel
frequency and L is the LC-tank inductance value. Considering a 1.4 V swing
on the varactor control voltage, an inductance value of 4.1 nH, and 64 channels
placed around 915 MHz (ISM band), it can be found that the varactor non-linearity
produces the largest frequency error, due to the quantization error in the DAC,
requiring a minimum voltage step of about 2.2 mV, which translates in at least 10
bits resolution. Using a 10-bit DAC translates in a frequency offset smaller than
25 kHz and roughly equal to 15 kHz according to theory.
The system has been simulated in SimulinkTM and the results are shown in Fig.
8. At 10-bits DAC resolution the residual frequency error is around 12 kHz (Fig.
8(a)), a value very close to the predicted one of 15 kHz.
The varactor has been modeled with a 6th order polynomial. The polynomial order
depends on the maximum capacitance error resulting from the approximation.
It should be no more than 10% of the other error sources in such a way to
consider it negligible. The maximum frequency error, using a 6th order polynomial
with respect to the interpolated points, is around 3.5 kHz as shown in Fig.
9. The maximum errors are also placed at the border of the varactor control
voltage (-1.6 and -0.2 V) and are minimum in the middle range. Increasing
the order of the interpolating polynomial above the 6th order does not produce
remarkable improvements. Therefore, a 6th order polynomial has been chosen for
the interpolation.

Fig. 9. Dependence of frequency error from the order of the interpolating polynomial



The last non-linearity in the transmitter chain is the one introduced by the DAC
INL. The DAC INL has been modeled with a second-order non-linearity with the
maximum INL (INLmax) placed at the middle code. Therefore, the output of the
DAC can be modeled as a function of the number of bits and the INLmax using
the following expression

VDAC
out =

−INLmax

2N−1(2N − 1− 2N−1)
X2

in + [INLmax× 2N−1

2N−1(2N − 1− 2N−1)
+

FSR

2N − 1
]Xin +0.2 (14)

where FSR is the full-scale range of the DAC4, N is the number of bits and Xin
is the digital N-bits input code. As can be seen in Fig. 8(b) a 10-bits DAC with
an INLmax smaller than 1.5 LSB fulfills the required specifications. On the other
hand, INL requirements can be traded with DAC resolution giving a degree of
freedom in the design.

6.2. Demodulation and robustness
Though the 25 kHz upper-bound frequency error fulfills the requirements in

terms of phase noise degradation and orthogonality of the codes, it poses problems
at the receiver side. Indeed the FSK modulation is very sensitive to frequency
offsets. If a correlation-based demodulator is considered, then the frequency error
cannot exceed the data rate [31].
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4The voltage range for the varactor ε [-1.6;-0.2] V



In the case of data rates between 1 and 10 kbps, this will pose strict requirements
on the DAC linearity and resolution as well as on the maximum process spread
of the varactor C-V curves.
Therefore, it is important to find an algorithm and a demodulator topology, which
can successfully demodulate the incoming data under offsets as big as 25 kHz.
In [31] several demodulator topologies have been studied, with respect to their
performances, in the presence of frequency errors. The results are shown in Fig.
10. As can be seen, the Short-Time DFT (ST-DFT) algorithm, through differ-
ential encoding, shows a remarkable immunity against static frequency offsets.
Furthermore it can be applied in the digital domain which has the potential to be
low power. Indeed, if a zero-IF architecture is employed, due to the small signal
bandwidth, the operating frequency of the ADC will be around 100 ksample/s at
the Nyquist rate (signal bandwidth equal to 50 kHz).
If a correlation based demodulator is used, the residual frequency offset has
tobe much smaller than the data rate in order to not degrade the receiver BER
performances. This means that either the data-rate has to be increased or the
residual frequency error has to be reduced considerably. Both the Arctangent
and Digital Cross-Differentiate-Multiply (DCDM) demodulators use the phase
information embedded in the signal to recover the transmitted data. Due to
their similarities, the DCDM and the Arctangent demodulators have the same
performances. They exhibit a higher immunity to the frequency offset but it is still
not sufficient for the required application.
As shown in [32], the capability of the ST-DFT algorithm to reject the frequency
offset depends upon the condition that the offset is slowly variant. In other words,
the frequency offset should vary at a rate smaller than the data-rate. Therefore,
the offset between two consecutive bits can be considered the same and it will be
canceled out when differential encoding is applied. In this way also the frequency
error due to temperature and power supply variations can be tracked and actively
canceled out without requiring any additional circuitry.
In the particular case of an FHSS system, each bit is sent on a different channel,
which is affected by a different offset due to the INL distribution of the DAC as
well as the varactor non-linearity. This means that two different bits will have two
different offsets and, therefore, the simple differential encoding cannot cancel it out.
This can be solved in the transmitter by sending information about the frequency
offset every bit and with a receiver that tracks this information such that it cancels
out the residual offset for each bit. The description of the aforementioned algorithm
is beyond the scope of this paper and therefore it will not be discussed further.

7. FHSS Pre-distortion based Transmitter design
Two different transmitter RF front-ends have been realized in bipolar Silicon-

on-Anything (SOA) technology. The two architectures are depicted in Fig. 11.



(a) Oscillator-divider based front-end (b) Single building block front-end

Fig. 11. Transmitter RF front-end

In Fig. 11(a) a common oscillator-divider front-end is shown. The system front-end
consists of a resonator based LC-VCO, a divider and an output stage able to deliver
-25 dBm power on a 50 Ω load. To minimize oscillator pulling the VCO operates
at 1.8 GHz and divided down to the TX frequency. The Vfc is the coarse control
voltage and it is used to calibrate the hopping channels inside the ISM band. The
second divider, connected to a second buffer, is used inside an FLL loop for the
initial center frequency calibration. Once this calibration is performed, the FLL
and related dividers are powered down, thus not contributing to the total power
dissipation. The Vff is the fine control voltage and it is used to synthesize the 64
channel frequencies. The FHSS control, which is realized in baseband, generates
the PN hopping code, and it outputs the N-bits predistorted digital words. These
words are applied to the D/A converter to synthesize the required control voltage
for the fine varactor bank.
Fig. 11(b) shows a single building block RF front-end. It is a combination of
VCO and PA, of which the coarse frequency calibration code can be factory set
and stored in an EPROM. This code will be converted in an analog voltage by
a DAC. The output of the DAC will directly drive the coarse varactor on the
power-VCO. The synthesis of the channel frequencies is obtained in the same
way as for the architecture shown in Fig. 11(a). In this case the oscillator center
frequency is at 915 MHz instead of 1.83 GHz, which can reduce the system power
consumption. Furthermore, no PA is required, but the VCO is directly coupled to
the antenna through a balun.
The baseband part has been implemented using discreet components for both the
architectures. The microprocessor is the PIC18F627A, which consumes 12 µA at
32 kHz, while the DAC is the AD7392, which draws 100 µA. The transistor level
schematic of the two front-ends are depicted in Fig. 12.



(a) FE1 transistor-level schematic (b) FE2 transistor-level schematic

Fig. 12. Transistor-level schematic of the realized front-ends

The divider in Fig. 12(a) is a traveling wave divider. In this design the often
present external base-resistors of the upper stage are not used and the design is
optimized by proper transistor dimensioning to have maximum divider sensitivity
at 1.8 GHz and a low power dissipation (200 µA). The output buffer (not shown)
is a differential pair (2 mA). The oscillator core consumes 550 µA while achieving
a -109 dBc/Hz phase noise at 450 kHz from the carrier.
The second architecture (Fig. 12(b)) consists only of a directly modulated RF
cascoded Colpitts power VCO. Cross-coupled oscillators (Fig. 12(a)) have been
preferred over other topologies for monolithic integrated circuit implementation
because they are easily realized using CMOS technology and differential circuitry.
Due to the use of the tail current source, cross-coupled oscillator topologies present
phase noise performances worst than classical types of oscillator with one of the
active device ports grounded. In addition, classical type of oscillator topologies
provide larger oscillation amplitude for a given bias current because there is no
voltage drop of the DC current across the current source element enabling, in this
way, optimization of the power consumption.
One of such configuration is based on the Colpitts topology. Isolation problems
can degrade VCO performances in terms of phase noise and frequency stability
through phenomena like the VCO pulling. This problem arises from the changing
in the load conditions, and therefore requires between the VCO and the output stage
a buffer stage, which will increase the overall power consumption. To minimize
the power consumption, the VCO and its buffer are connected in series to reuse
the bias current between the two stages. For these reasons, a common collector
Colpitts oscillator has been chosen together with a common base buffer stage,
arranged in a cascode configuration.
In this way current consumption is minimized, pulling is reduced due to better
isolation between the tank and the load and no PA is required, instead the cascode
stage can directly drive the antenna through a balun. Therefore, a single block RF
front-end is obtained. A differential configuration has been chosen to reduce the
second harmonic distortion term, which can degrade performances at the receiver
side in a zero-IF architecture.



(a) FE1 die photo (b) FE2 die photo

Fig. 13. FE1 and FE2 die photos

The bias current level largely depends on the required output power levels. It
is desirable that phase noise requirements are met over a wide output power
range. The output power can then be controlled by changing the bias current
while meeting the BER specifications over the entire control range.

7.1. Experimental Results
The two RF frond-end ICs are shown in Fig. 13(a) and Fig. 13(b). The FE1

front-end occupies 2.8 mm2 while the FE2 front-end 3.6 mm2. Fig. 14 shows the
required bias current for the power VCO versus the output power and phase noise
performance at 450 kHz far from the carrier. The required bias current ranges
approximately between 1 and 2 mA to obtain an output power between -18 dBm
and -5 dBm. Simulated and measured results show a good agreement allowing
minimization of the current consumption for a given set of output power and
phase noise specifications. Indeed in Fig. 14 the phase noise varies between -102
dBc/Hz and -115 dBc/Hz when the bias current changes between 1 and 2 mA,
which is above the required specification of -100 dBc/Hz at 450 kHz from the
carrier.
In Fig. 15 the whole chain, from the look-up table in the microprocessor up to
the evenly spaced FH spectrum is shown. In the measurement results shown in
Fig. 15, the 64 channels are addressed sequentially rather than in a pseudorandom
fashion. As can be seen, the output of the DAC has a non-linear shape in time due
to the predistortion algorithm. Moreover, the channels are equally spaced with a
maximum frequency error smaller than 5 kHz. This frequency error is smaller than
theoretically predicted, due to the higher DAC resolution. Indeed, a 12-bit DAC
has been used while a 10-bit DAC was sufficient as explained in Section 6.1.
To demonstrate a reliable wireless link at the specified output power levels and
phase noise specifications and to prove the pre-distortion concept, a FH transmitter
has been realized. Two isotropic antennas placed 8 meters apart were used in a
Non-Line-of-Sight (NLOS) configuration in a normal office environment.



-18

-16

-14

-12

-10

-8

-6

-4

-2

 0.8  1  1.2  1.4  1.6  1.8  2

-116

-114

-112

-110

-108

-106

-104

-102

-100

O
ut

pu
t p

ow
er

 [d
B

m
]

P
ha

se
 n

oi
se

 @
 4

50
 k

H
z 

of
fs

et
 [d

B
c/

H
z]

Bias current [mA]

Simulated
Measured

Measured phase noise
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Fig. 15. Predistortion chain with measured DAC pre-distorted output voltage and output
spectrum of TX FE2 (FE1 has an identical spectrum)

The transmitted power has been set to -25 dBm while the receiver employs a ST-
DFT demodulation algorithm and a super-heterodyne architecture. The measured
received power is in average -75 dBm. In this condition, the measured raw BER
is lower than 1.1% at 1 kbps data rate and 1 khop/s hopping rate. The overall
measured transmitter power consumption is 2.4 mW (for FE2) from a 2 V power
supply and 5.4 mW (including the buffer) for FE1 from 1.8 V power supply. The
baseband and mixed signal circuitry including the DSP dissipate 0.4 mW mostly
consumed in the DACs5.

5The baseband power consumption can be reduced to 0.2 mW if the coarse calibration DAC is switched off after coarse
calibration is achieved.



(a) Received power spectrum (8 meters distance, NLOS condition and -25 dBm transmitted power)

Parameter FE1 FE2(1mA) FE2(2mA) Unit
Technology SOA SOA

Active chip area 2.8 3.6 mm2

Vcc 1.8 2 V
Max. Front-end current (20 samples) 2.8 1 2 mA

Max. Front-end dissipation (20 samples) 5 2 4 mW
Baseband dissipation 0.4 mW

Total active FHSS TX dissipation 5.4 2.4 4.4 mW
Min. coarse tuning range (20 samples) 94.4 50 MHz

Min. fine tuning range (20 samples) 8.9 10 MHz
Worst case phase noise (20 samples) -109 -102 -115 dBc/Hz @ 450 kHz

Output power -25 -18 -5 dBm
Raw BER (8 meter distance, Pout=-25 dBm) < 1.1E-3

(b) RF front-ends performance summary

Fig. 16. Received spectrum and RF front-ends performance summary

In Fig. 16 the received spectrum before demodulation is shown together with a
summary of the performance of the realized front-ends.

8. Conclusions

The implementation of a “micro-Watt network”, envisioned in the AmI concept,
has a unique set of design constraints that focuses attention on small required
bandwidth, low duty cycle operation, short communication range, and the most
challenging requirements in average and peak power demand. Nevertheless a robust
wireless link is mandatory, requiring spread spectrum techniques implemented in
a low-cost technology.



While increasing the data-rate will help reducing the fixed power cost coming
mainly from the synthesizer, it has been shown that when the idle current is
dominant (at duty cycle lower than 0.1 %), low data-rate is a better choice. Indeed
it allows to implement a low-complexity RF front-end and therefore a lower idle
current with respect to a high data-rate solution.
Several solutions for a “micro-Watt node” are presented. Among all these solu-
tions, the most promising are UWB and SS based architectures. Indeed RF-ID,
subsampling and super-regenerative architectures suffer from unique drawbacks
ranging from poor flexibility (RF-ID) to SNR degradation (subsampling) and poor
selectivity (super-regenerative).
Due to demanding requirements on the ADC and the LNA in UWB based receivers,
an SS based architecture has been chosen. Between the two most common SS
techniques (DSSS and FHSS) an FHSS system has been found as the most robust
and simple architecture to be implemented in a “micro-Watt node”. The possibility
to use the FSK modulation and a switching type PA, together with smaller wake-
up time and no need for an AGC system, offer an unique possibility to lower the
overall power consumption by an order of magnitude.
Problem arises due to the complexity of the hopping synthesizer in terms of
accuracy and settling time in the frequency synthesis. While common solutions
based on fractional-N synthesizer and DDFS based synthesizers offer good
accuracy and small settling times, they require a large power consumption.
A new architecture, based on the direct synthesis of frequency bins, is proposed
in this article. The proposed architecture reduces the complexity of the hopping
synthesizer reducing by a factor 8 the power consumption with respect to state-
of-the-art hopping synthesizers. The required accuracy in the synthesis of the
frequency bins is obtained by a combination of digital pre-distortion and offset
robust demodulation techniques. In this way an absolute-accurate synthesizer is
obtained and no feedback loop is used.
To demonstrate the feasibility of the digital pre-distortion concept, an FHSS
transmitter has been realized in SOA technology. Two front-ends have been
realized, one based on the common combination of VCO and divider and a second
one, that reduces the RF front-end to a single block by combining together the
VCO and the PA.
Measurement results showed the possibility to achieve a BER smaller than 1.1 %
at -25 dBm transmitted power, NLOS condition in a common office environment
with a distance between TX and RX antennas of around 8 meters. An overall power
consumption for the complete FHSS transmitter as low as 2.4 mW at -18 dBm
transmitted power has been reported. This is 6 times less than the state-of-the-art
FHSS transmitters (see Table I).



TABLE I
FHSS PRODUCTS COMPARISON

Company/Type Operating Voltage Frequency band Current consumption
Chipcon CC1050 2.1-3.6 V 300-1000 MHz 10 mA @ 868 MHz, -5 dBm

Analog Devices ADF7010 2.3-3.6 V 902-928 MHz 20 mA @ 0 dBm
Chipcon CC2550 1.8-3.6 V 2.4 GHz 12.8 mA @ -12 dBm

TI Dolphin 2.2-3.6 V 902-928 MHz 35 mA @ +7 dBm
Nordic nRF24E2 1.9-3.6 V 2.4 GHz 10.5 mA @ -5 dBm
Nordic nRF2402 1.9-3.6 V 2.4 GHz 10 mA @ -5 dBm

Nordic nRF24L01 1.9-3.6 V 2.4 GHz 7 mA @ -18 dBm

THIS WORK a 1.8-2.0 V 902-928 MHz 1.1 mA @ -18 dBm,
2.1 mA @ -5 dBm

aCoarse calibration DAC switched off
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